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FPGA-based noise shaping ADC for feedback in switched control systems
NICKLAS WRIGHT

HAMPUS LANG

Department of Electrical Engineering

Chalmers University of Technology

Abstract

This thesis explores the possibility of implementing a customized Delta-Sigma ADC
for feedback in a digital, switched audio amplifier. It was conducted in collabora-
tion with Lab Gruppen, Kungsbacka, who wished to investigate if a cheaper and
more flexible ADC than the current ones available on the market could be de-
signed, using an FPGA and simple analog circuitry. The design process involved
system-level design in Matlab/Simulink, analog circuit design in LTspice and digital
hardware implementation in Modelsim and Vivado. Simulation results and calcula-
tions showed that a 1-bit, second order Delta-Sigma modulator followed by a third
order CIC-decimation filter could, in theory, fulfill the product specifications. An
attempt was made to implement the analog hardware using discrete components,
and was achieved for a first order modulator in simulation. The digital CIC-filter
was successfully designed, synthesized and implemented on the target device. Al-
though the proposed design was not successfully implemented in hardware, the re-
sults show promise in finding an implementation that is cheaper than off-the-shelf
ADCs. Future work could include designing the second order modulator using more
conventional switched-capacitor integrators, improving the digital filter and building
a functioning prototype.

Keywords: Delta-Sigma, ADC, oversampling, first order, second order,
1-bit, FPGA, noise shaping
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1

Introduction

Switched audio amplifiers require an analog audio signal as input to operate. There-
fore, they have traditionally been designed and built completely in the analog do-
main using analog feedback. Today most audio systems use digital interfacing and
audio processing, rendering a complete analog system undesirable and a thing of the
past. Because of this significantly digital architecture, it would be logical to build
amplifiers in the digital domain to avoid unnecessary signal conversions. However,
the voltage waveform across the speaker driver must be analog, regardless of if the
power amplifier is analog or digital. To feed this signal back into the digital control
loop, analog-to-digital conversion is therefore required.

When using digital feedback, it is of the essence to achieve a high gain margin and
low output noise. This requires a low latency measurement of the control node.
Additionally, it is crucial that the sampling frequency of the signal is high enough
to avoid aliasing of the signal — otherwise the converted digital signal would not
contain the same information as the analog audio signal.

1.1 Background

This degree project is a continuation of a master’s thesis [1] conducted at the au-
dio technology company Lab Gruppen located in Kungsbacka, Sweden, in which a
design of the system just described was implemented. During that work it was dis-
covered that the analog-to-digital converters (ADCs) available on the market with
the high sampling rate and precision demanded of the digital feedback unfortunately
are quite expensive for the digital architecture proposed to be financially viable for
large scale manufacturing. Rather than abandoning the design completely, Lab
Gruppen wishes to explore if it is possible to reduce the cost of the sampling system
by implementing a simpler design using discrete components.

A popular choice of converter for this task is a so-called Delta-Sigma (AY) ADC,
due to its ability of achieving high resolution and low noise with simple circuitry,
by utilizing oversampling and noise shaping. Commonly, the implementation of
such a high-speed sampling and conversion system involves a Switched-Capacitor
(SC)—integrator which effectively achieves sampling and integration of the signal by
using only one op-amp [2, p. 288]. This design, while effective, is complex and often
requires intricate differential and compensation circuits to get to operate properly.
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This project instead investigates the possibility of implementing a functioning A
ADC using a modular and simpler approach for the design.

1.2 Aim

This thesis aims to investigate the possibility of implementing a custom-made sam-
pling system for a specific amplifier design in order to improve noise performance
and reduce cost in relation to using an off-the-shelf ADC. The project is research
based, meaning that a finished product is not necessarily the end-goal. Arriving at
a conclusion that a cheaper alternative to the products available on the market is
possible or not, using the suggested design, is a valid result either way.

A complete model of the design that satisfies the system specifications should be
created and tested in Simulink. This design should then, ideally, be implemented in
hardware with the help of an FPGA, using as few analog components as possible in
order to keep the design cheap and flexible. A performance evaluation of the system
should be conducted, and the results compared to that of the simulation model.
Possible areas of improvement that are discovered should be addressed. Again, this
depends on whether a working prototype is designed or not.

1.3 Delimitations

In order to sample the output signal from the power stage of the amplifier, the signal
must be scaled in order to fit the maximum input voltage swing of the ADC. This
requires an analog voltage divider circuit. However, the input signal to the ADC will
be assumed to be properly scaled, and this circuit will therefore not be considered.

The project aims to investigate the possibility of implementing as much of the design
as possible in the digital domain. This includes the anti-aliasing filter. However,
should it be concluded that the filter is best implemented in analog hardware, this
circuit will be omitted in the final design since the design of analog filters is already
quite thoroughly researched.

A digital filter will be designed in order to test the complete ADC-system. However,

this filter will not be optimized since the subject of digital filter design is heavily
researched already.

1.4 Problem Statement
The specifications of the sampling system are as follows:
o Aliasing-free below a frequency of 2 MHz

o At least 20 kHz bandwidth
o At least 100 dB SNR for frequencies 0 — 20 kHz
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e A maximum of -80 dB THD for frequencies 0 — 20 kHz

The above-listed requirements should be achieved using a sampling system consist-
ing of a Delta-Sigma (AX) ADC. This ADC should be used to sample the output
node of a switched audio amplifier. The amplifier in question generates a 3-level
PWM (Pulse Width Modulated) signal with a switching frequency of 2.016 MHz.

1.5 Thesis Outline

Sec. 1.1 — 1.4 of this chapter provides an overview of why this project was done,
what boundaries and limitations were set beforehand, as well as what was hoped
to be achieved at the end. In Ch. 2, an in-depth overview of the theory used in
the design process is presented. Ch. 3 details the method used when designing and
implementing the system and Ch. 4 presents the final results of the finished design.
Finally, Ch. 5 conclusions are drawn about the performance of the implemented
system, as well as providing recommendations for future improvements.
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Theoretical Background

This chapter presents relevant theory supporting the design choices made during
the process of designing the complete system.

2.1 The AY Architecture

The Delta-Sigma (AX) modulator gets its name from the structure of its block-
diagram. Displayed in Fig. 2.1 is an n-bit, first order AY modulator.

P Discrete Quantizer
u D > > —— v
—A Integrator
Sample
Delay

Figure 2.1: First order, n-bit modulator block diagram.

As depicted in Fig. 2.1, the sum (sigma) refers to the integrator and the difference
(delta) to the subtraction of the output from the input. Consequently, the integrator
output becomes the sum of the difference. The order of the mathematical operations
results in the name “Delta-Sigma” (AY). However, this is a matter of preference
since “Sigma-Delta” is commonly used equivalently [3, p. 46].

The integrator block in Fig. 2.1 is implemented using a discrete transfer function
(Z-transform), indicating that the system is sample-based. Since there cannot exist
a delay-free loop, the feedback is delayed with one sample period. The quantizer
block is realized using a cascaded ADC-DAC structure, where the output of the
ADC is connected to the output of the modulator and fed back to the modulator
input via a DAC.
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What the system in Fig. 2.1 achieves is an accumulation of the difference between
the input signal and its digital approximation. That is, the output of the modu-
lator is not a direct representation of the input signal [3, p. 8], but rather a pulse
code modulated (PCM) bit stream of logic ones and zeros. The input can only be
approximated through a large number of iterations (samples) averaged on the out-
put, granted that the value of the input signal effectively does not change between
successive samples. This leads to the fact that AY modulation relies on the input
being heavily oversampled (more in Sec. 2.2). Intuitively, increasing the number of
samples being accumulated and averaged improves the resolution of the modulator.

The result of embedding the quantizer in a feedback-loop and oversampling is that
the ADC and DAC used in the loop can be very coarse, while the modulator still
achieves high resolution after averaging its output [3, p. 9]. Even a 1-bit quan-
tizer, which can be realized by a simple comparator, can achieve very good noise-
performance. The combination of the AY modulator (shown in Fig. 2.1) and a
moving average filter on its output is referred to as first order AX ADC [3, p. 10].
Fig. 2.2 shows a conceptual block-diagram of such an ADC.

Discrete n-bit Moving Average
v —{p > > > —> u
—4 Integrator ADC Filter
n-bit
DAC

Figure 2.2: Conceptual block-diagram of a first order, n-bit AX ADC.

The block diagram in Fig. 2.2 takes a sampled input signal and outputs a digital
approximation of the input. For example, if the input to the ADC is larger than
some threshold value it outputs a logic '1’, and similarly a logic ’0" if it is lower.
The moving average filter has several functions and is realized in the digital domain
(discussed in more detail in Sec. 2.7). It is again essential that the input is heavily
oversampled for the system to operate correctly.

2.2 Quantization and Quantization Noise

The quantization discussed in the previous section refers to changing the continuous
amplitude of the sampled input signal to discrete. This is done by dividing the
dynamic range of the system into equally sized quantization intervals [2, p. 15]. If
the minimum detectable amplitude of the quantizer is denoted by X, the maxi-
mum amplitude by X,,.., and the number of quantization intervals by M, then the

6
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quantization step A is defined as

Xmax — Xmin
M

The discrete value assigned by a quantizer to a continuous input depends on which

quantization interval it lies in. In most cases, the value assigned to the input is

the mid-point of the interval. This introduces a quantization error since the input

signal can take any value in an interval but is always assigned the mid-point value

[2, p. 15]. The output of the quantizer can be described by

A= (2.1)

Y =Xin+eg=(n+1/2)A, nA <X, <(n+1)A (2.2)

where Xj, is the quantizer input, eq is the quantization error and n is the interval
where Xj, resides. It follows from Eq. (2.2) that eq € [-A/2,+A/2]. However, €q
is a strongly non-linear function of the input Xj, [3, p. 31]. To simplify mathemat-
ical analysis of the quantization error, it is assumed that the error is an additive
“noise” sequence independent of the input. This noise is also assumed to be a white
sequence, uniformly distributed in [—A/2,+A/2] [3, p. 32]. Thus, the quantization
error is referred to as quantization noise.

The probability density function of the uniformly distributed quantization noise can
be described by [2, p. 18]

1A, eq€[~A/2,+A/2]

0, otherwise (2.3)

pleq) = {

From Eq. (2.3) the arithmetic mean value p and the variance 0 can be calculated
as [4, p. 498]
—-A/2+A)2
ILL = =

; 0 (2.4)
2 _ (—A/Qg Af2)? § (2.5)

Since the mean value (DC-value) is 0, and the unit is volts, the variance of the quan-
tization noise is equal to the noise power [4, p. 496]. From Eq. (2.4) and Eq. (2.5) it
is clear that the noise power decreases with the quantization step. Furthermore, if
each mid-point value of the quantizer is represented by a digital code then decreas-
ing the quantization step is equivalent to increasing the number of bits.

In reality the quantization error is not white noise, especially when the number
of quantization levels are few [2, p. 17]. This is the case for most AY converters,
where noise shaping and oversampling compensate for the low number of bits and
thus eliminating some, or all, non-linearity caused by the multi-level feedback DAC,
which otherwise would require complex circuitry to mitigate [2, p. 264]. The quan-
tization error forms a repetitive pattern of logic ones and zeros that give rise to
spectral tones, referred to as pattern noise [2, p. 294]. Hence, the quantizer also
produces harmonics; effectively increasing the total harmonic distortion (THD) and
concentrating the power of the quantization error at certain frequencies instead of

7
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spreading it over the entire signal bandwidth [2, p. 295].

These harmonics can be suppressed by a technique called dithering, where high-
frequency and low amplitude "noise", for example a sine wave, is added to the loop
which introduces a chaotic element that breaks up the periodic pattern of the quan-
tizer error [2, p. 295]. This "noise" must be low in amplitude as to not affect the
input signal too much, and high enough in frequency so it can be filtered out by the
digital filter at the output of the modulator. Practically, thermal noise from analog
components can provide this functionality.

In conclusion, the quantization error (or noise) is an unavoidable consequence of data
conversion. It can only be fully eliminated when the number of bits is increased to
infinity, which is not possible in practice [2, p. 16].

2.3 Noise Shaping and Oversampling

Noise shaping and oversampling are two fundamental methods employed in the AY
modulator in order to reduce the in-band quantization noise. When analyzing the
first order AY modulator as a linear system, the quantizer can be modeled as an
added noise source e, as depicted in Fig. 2.3.

e
-1
: %
u :f\ 2 I E—— > > VvV
Y i 3%

Figure 2.3: Linear model of first order AY modulator.

In said figure, the sample delay has been pushed into the forward path, resulting in
an equation describing the relation between input and output:

Z_l

[U(2) - V(Z)]l_iz_l

=V(2) & V() =U(z) - 27" (2:6)

The equation relating the noise source to the output becomes:
-1

V) 1 -2zt

+ER)=V(z) e V() =Ek)-(1-z21. (2.7)

Using (2.6) and (2.7), the total system can be described by

V(2) =U(2)-STF(2)+ E(2) -NTF(2) =U(2)- 2 ' + E(2)- (1 —2z71), (2.8)
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where STF(z) is the signal transfer function and NTF(z) the noise transfer function
[2, p. 258]. As can be seen from Eq. (2.8), the input is the delayed by one clock cycle
while the quantization noise passes through (1 — 27'). Analyzing NTF(z) in the
frequency domain by replacing z with e/“7, where wT is the normalized frequency,
yields [2, p. 258]

T2 e]wT/2 - eij/2

oF = 2je T2 5in(wT'/2). (2.9)
J

NTF(e*T) =1—¢e*T =2j-¢

Then from Eq. (2.9) the squared amplitude can be calculated as
INTF(eT)|? = 4sin®(wT/2). (2.10)

Eq. (2.10) shows that the quantization noise power, although amplified by a factor
four, is shaped by sin?(wT/2). That is, the in-band quantization noise is high-pass
(HP) filtered by the modulator. Fig. 2.4 shows the amplitude response of the NTF
for frequencies up to the sampling frequency (w = 7).

NTF vs frequency

T

Magnitude (dB)

-25 : : e : :
0.1 1 T
Frequency (rad/s)

Figure 2.4: Amplitude response of the first order NTF.

The plot in Fig. 2.4 shows significant attenuation of lower frequencies in the signal
band. An increase in magnitude of 20 dB/decade can also be seen. To further exploit
the fact that lower frequencies are subjected to more attenuation, oversampling is
introduced. Oversampling is measured using the oversampling ratio (OSR), defined
as [3, p. 11]

OSR = f,/2fs, (2.11)

9
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where f; is the sampling frequency and fg is the signal bandwidth. The OSR spec-
ifies how much faster than the Nyquist rate of two times the bandwidth the system
is sampled. Since the quantization noise power is distributed evenly from 0 to f;
[4, p. 515], a consequence of oversampling is that the in-band noise floor is lowered.
This happens because the signal band still only occupies 0 to fg, while the quanti-
zation noise is spread evenly over 0 to OSR - 2f5.

The in-band (unshaped) quantization noise power can now be described by [2, p. 253]

A? 2fg V2 1
V2= —. = _—xf_. 2.12
mB 12 f, 12-220 OSR’ (2.12)
which applies for a quantizer with n bits, 2" levels and a dynamic range of V.
From Eq. (2.12) it can be seen that the noise power, as expected, decreases as OSR

increases.

2.4 Second Order Modulator

As discussed previously, the performance of the first order AYX modulator can be
improved by using a quantizer with more levels, or by increasing the OSR. Another
possibility for improving noise performance is choosing a quantizer with small in-
band quantization noise spectral density [3, p. 63]. That is, instead of decreasing the
noise spectral density for all frequencies by increasing the number of levels, reduce
the noise only in the band of interest. A quantizer with exactly those characteristics,
as described in the previous section, is the AY modulator.

By replacing the quantizer in Fig. 2.1 with another AY modulator and doing some
rearranging, the linear model of the second order modulator is obtained in Fig. 2.5.

v
<

A 4

[
R ! M 2! éz
u 1—2z"1 > 1—z-1 4N

Figure 2.5: Linear model of second order AY. modulator.

Analyzing the system in Fig. 2.5 yields
V(2) =U(2)-STF(2) + E(z) - NTF(2) =U(2) -2 ' + E(2) - (1 — 271)%. (2.13)

Comparing this to Eq. (2.8), the noise is now passed through (1 — 271)? instead of
(1 — 271). This results in better noise shaping as can be seen from the frequency
domain function of the NTF [2, p. 267]:

NTF (") = (1 — e 7%1)? = —4e T sin? (WT/2). (2.14)

10
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The resulting amplitude response plot is displayed in Fig. 2.6.

20 ‘ NTF vs fregueqcy ‘

——First order NTF
10 - - — Second order NTF —nnT _

Magnitude (dB)

-50 ' . e ' .
0.1 1 r

Frequency (rad/s)

Figure 2.6: Comparison of the amplitude response of a first and second order NTF.

As Fig. 2.6 shows, the second order modulator achieves better noise suppression at
low frequencies compared to the first order modulator, as well as a 40 dB/decade
increase in magnitude up to the sampling frequency.

2.5 Signal-to-Noise Ratio

The signal-to-noise ratio (SNR) is defined as the power of a signal passed through a
circuit divided by the power of the noise generated by the circuit across the entire
Nyquist-band [2, p. 62]. The following derivations were based on [2, p. 259].

The in-band square noise voltage of the shaped spectrum of the first order AY
modulator can be described by

2 2 T8 2 2 B 2 4’ 32
v :van/o INTF(f)| df:un,Q/O Asin?(wT) df = 02" JAT? (2.15)

with the approximation sin(x) &~ z which applies for wB% < 3, ie., when the
sampling frequency is much larger than the bandwidth. Then since the square noise

voltage of the unshaped spectrum across the bandwidth is

52 1.
Vig= /0 vhq df = vﬁ,Q5 (2.16)

11
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and T' = 1/ f5, Eq. (2.15) can be rewritten as

2V2, Amr 1\’ 7 [ f ° 2
2 _ n,Q =" 3 [ L _y2 B _y2 -3
- Mt (1) 2 (Y e oss i

From Eq. (2.1) it is known that a quantizer with range 0 — V;¢f and k quantization
thresholds have a quantization step of A = Vi¢/k. Then from Eq. (2.5), the power
of the unshaped quantization noise can be written as

V2
Vi, =" 2.18
n,Q k2.12 ( )
Moreover, the power of a full-scale sine wave is
V2
Vine = 5 (2.19)

Using Eq. (2.17), (2.18) and (2.19) the SNR of the first order AY modulator can be
determined by

V2 12 3
SNRay) = 22 = = . k. = .OSR® 2.20
which in decibels equates to
SNRAs1ap = 6.02 - logy (k) + 1.78 — 5.17 4+ 9.03 - log,(OSR). (2.21)

Eq. (2.21) shows that doubling the OSR results in a 9.03 dB increase in SNR. It can
also be seen that doubling the number of quantization intervals secures a 6.02 dB
improvement of the SNR.

Performing the same analysis as described above on the second order modulator
yields [2, p. 267]

The same improvement of the SNR as for the first order modulator can be seen
for the second order modulator when increasing the quantizer resolution. However,
when doubling the OSR an SNR increase of 15.05 dB is now achieved.

It is worth mentioning that these formulas for the SNR only apply if one assumes
the quantization error to be purely additive white noise, as described in Sec. 2.2. It
is also lacking the additional noise that will be added from the active and passive
components in the analog circuit. Furthermore, it does not include the in-band
harmonics created by the quantizer, which was also discussed in Sec. 2.2. This
is technically called signal-to-noise and distortion ratio (SINAD). However, SNR
is used equivalently in this report. To distinguish the noise analysis between the
linearized and real-world model, signal-to-quantization-noise ratio (SQNR) will be
from now on be used to describe the former, and SNR to describe the latter.
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2. Theoretical Background

2.6 Analog Electronics

To realize the AX. converter, some analog circuitry is needed. The fundamental
parts of this circuit are threefold, consisting of: a sampling circuit, an integrator
circuit and a quantizer circuit. The design of these varies, depending on which type
of converter is to be designed. To avoid needlessly superfluous explanations, this
section will only discuss the analog circuitry actually used in the project.

2.6.1 Sample-and-hold

In this project a discrete-time (DT) AX ADC was designed, meaning that the sam-
pling of the input signal occurs before the modulator - as opposed to a continuous-
time (CT) AY where the sampling is done inside the feedback loop [2, p. 325]. A CT
modulator would omit the need for an external sampling circuit, since the sampling
would be done inside of the FPGA. However, CT modulators require frequency-
scaling of the integrators. This means that a system sampled with a frequency of m
Hz requires integrators with a DC-gain of m [3, p. 229]. This would impose problems
when designing the analog circuitry since a sampling frequency of 10.24 MHz will
be used, resulting in a DC-gain of approximately 140 dB which is hard to find in
op-amps. Furthermore, designing a linearized model of the CT modulator is more
complex compared to DT. This is the case since the impulse response of the DAC
needs to be carefully modeled. Using continuous transfer functions in Simulink also
prohibits the use of fixed time-step simulation, which leads to unreasonably long
simulation times.

In order for the AD-conversion to work, it is crucial to ensure that the system can
accurately read exactly one value, or sample, of the continuous input signal and hold
it until the quantization step is complete and the ADC is ready for its next iteration.
One simple way of achieving this is with a so-called Sample-and-Hold (S/H) circuit.
An implementation of this type of circuit can be seen in Fig. 2.7.

- J $—0 Vsampled
+

Vin

Figure 2.7: Sample-and-Hold circuit.

A switch, in this case realized by an NMOS-transistor, is toggled on and off by an ex-
ternal clock signal (clk) with a frequency equal to the sampling frequency f;. When
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2. Theoretical Background

the switch is on (#,,) the transistor starts conducting and charges the capacitor C,
to the same level as the input voltage. When the switch is off (%), the transistor
acts as an open circuit and therefore no current flows through it. The voltage-stiff
characteristics of the capacitor allows it to retain the sampled voltage for a short
period of time [2, p. 210]. In other words, the capacitor samples the input voltage
during t.,, and holds it during ¢.g.

The capacitance of Cy, can be calculated using the time constant 7 = RC', where in
this case R is the equivalent series resistance (ESR) of the circuit, which is the non-
ideal capacitor’s internal resistance as well as the conduction resistance (Rpg(on)) of
the MOSFET. The time constant indicates the time required for the capacitor to
reach its new steady state [6, p. 369], which by definition is the time it takes for a
capacitor to charge to approximately 63 % of its input voltage when connected to a
DC-source, or discharge to approximately 37 % of its initial charge value.

Modelling the capacitor with R = ESR as a simple RC-circuit gives, in the frequency
domain, the transfer function

1

Hjw) = ————
(jw) 1+ ijOh’

(2.23)

which is a low-pass (LP) filter with a cutoff frequency of w, = R%Jh (7, p. 228]. In
other words, the cutoff frequency is related to the time constant 7 by

1 N 1
_— T =
RCh 27ch

We =2mf. = = RCY, (2.24)
In order for the sampling to work as intended the capacitor needs to reach its steady
state during t.,, so 7 < t,,. This means that the capacitor needs to be fast enough
to ensure that it can charge up to Vi, every t,, = Ty/2. Setting the cutoff frequency
equal to 2f ensures this. Given this fact, and by rewriting Eq. (2.24), the time
constant RCy, can be calculated. The actual capacitance needed can then be de-
termined by assuming some of the highest possible values of the equivalent series
resistances, which typically are very low. This ensures that the minimal capacitance
required for the sampling time is selected. The fact that the actual resistance most
likely is lower than the assumed only serves to lower the sampling time even further;
effectively making the charging time of the capacitor faster than necessary.

The high sampling frequency needed for the A converter leads to the conclusion
that a very small capacitance is needed. Furthermore, in this frequency range, the
equivalent series inductance (ESL) of the capacitor starts being an issue as well -
giving the impedance more inductive characteristics when f; — co. To mitigate this
effect, a ceramic capacitor is preferable to use as C}, since they are internally not
constructed as a coil and therefore have a low inductance [8, p. 335].

The two op-amps in Fig. 2.7 are configured as simple voltage followers, acting as

buffers on the input and output of the S/H circuit. The input buffer is necessary
to reduce the input load, since the S/H circuit’s low impedance otherwise would
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2. Theoretical Background

cause high currents in the circuit, resulting in high power loss which would affect
the accuracy of the sampling [2, p. 210]. Furthermore, the output buffer ensures
that the voltage is relayed to the output without discharging the capacitor [8, p. 348].

2.6.2 Integrator

As previously mentioned, summing the differences of input and the quantized output
in discrete-time requires an integrator. There is another reason why an integrator is
necessary. Replacing the integrator block in Figure 2.3 with a gain block with gain
A, gives the following equation:

A 1
Viz) = <1 + Az‘1> Utz + (1 + Az—l) Bz = (2.25)
= STF(2)U(z) + NTF(2)E(2).

From Eq. (2.25) it is clear that when A — oo then the STF — 1 and the NTF —
0. Hence, it would at first glance seem reasonable to have an infinite frequency-
independent gain in the system to remove all quantization noise [3, p. 42]. However,
determining the root of the polynomial in the two transfer functions’ common de-
nominator polynomial gives a single pole at z = —A. For a system to be stable, its
poles need to be within the unit circle in the Z-domain, in other words, |A| < 1.
Thus, making A too large over all frequencies would result in an unstable system
[3, p. 44]. The best solution is to make A as high as possible only over the lower
frequencies, and a simple component that achieves this is an integrator [3, p. 44].

An ideal integrator circuit can be constructed with an op-amp with a capacitor
connected in negative feedback from its output. This circuit can be seen in Fig. 2.8.

Cr

Vino—{_] =

R1 d ° Vout

Figure 2.8: Ideal integrator circuit.

A function of the amplifier’s output can be derived by applying Kirchhoff’s Current
Law (KCL) and Ohm’s Law to the circuit. Assuming an ideal op-amp, then no cur-
rents enter its inputs and the offset voltage between the non-inverting and inverting
input should be equal to zero, meaning that the potential on both inputs are equal.
KCL then gives

Vin(t) =0 dvc(t) Vot () B 1
T = CF . dt = —CF . T ~ Uout(t) = —RICF /’Uin(t) dt. (226)
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The output voltage is evidently the integral of the input voltage, scaled by a negative
factor 1/RyCr. However, there is a drawback to this circuit configuration. The
transfer function of this system is given by

‘/out
Vi

B 1
N lecF'

H(w) =

(2.27)

According to Eq. (2.27) when w — oo then H(w) — 0, and when w — 0 then
H(w) — oo. Hence, the integrator acts as an LP-filter with a constant -20 dB/decade
roll-off towards the higher frequencies. At very low frequencies the capacitor acts
as an open circuit, and the op-amp will approach its open-loop gain. While this
is the frequency response sought after in the AY modulator, this is undesirable for
any real-world application. It would result in the output being heavily saturated
for lower frequency inputs, since the op-amp can only amplify the input up to the
supply voltage (often a few volts lower than that).

Gain limitation can be introduced by connecting a feedback resistor Ry in parallel
with the capacitor [9, p. 400], as shown in Fig. 2.9.

Ry
]
| I
Cr
Vi1 -
R, YO Vout
+

Rs

Figure 2.9: Practical integrator circuit.

Furthermore, a compensation resistor Rg is connected to the non-inverting input to
ground in order to correct any potential voltage offset errors caused by the input
bias currents, creating a so-called "lossy" or "practical" integrator [8, p. 643]. The
rule of thumb is that this resistor value is given by Rp in parallel with R;. Typically
RF > Rl, SO RS ~ Rl.

At lower frequencies the current will start flowing through Rp, effectively creating
an inverting amplifier when the input is close to DC. This limits the low-frequency
gain to

Rp

Amax E—
Ry

(2.28)
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and the new transfer function of the integrator circuit in the Laplace domain becomes

Ry 1
Hs)=——F —F7—. 2.29
(S> Rl 1 + RFCFS ( )

Eq. (2.29) shows that the integrator’s frequency response no longer has a constant
roll-off of -20 dB/decade, but will instead flatten out when below its cutoff frequency,
determined by

1

—_—, 2.

flow -

This frequency is important, since if the frequency is lower than fi,, the circuit
acts like an inverting amplifier, and no integration will occur. Hence, for the cir-
cuit to act as an integrator the input signal frequency needs to be greater than fiuy.
Therefore, fio indicates the start of the integration range of the amplifier [9, p. 401].

At higher frequencies, the capacitor Cg is almost a short-circuit so the feedback
resistor Ry can be disregarded. The transfer function is again given by Eq. (2.27),
which gives the unity-gain frequency, the frequency for which the gain is equal to 1
(0 dB), as

1

P —— 2.31
fhgh 27TR10F ( 3 )

Any input frequency beyond fpin will be greatly attenuated, causing the output to
approach zero. Hence, the new equation for the output becomes

_%};Uin(t)7 f < flow
Uout(t) = _#CF /Uin(t) dt? flow S f S fhigh (232)
07 f > fhigh'

This, and an example comparison between a practical and ideal integrator’s fre-
quency response, can be seen in the bode plot in Fig. 2.10.
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: :
40 -
— Practical integrator
—|deal integrator
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‘Amax‘
10 -
)
=
g
<
@] 0r
-10
220 -
-30 -

Frequency (Hz)

Figure 2.10: Frequency response of the ideal and practical integrator.

In conclusion, the useful integration range of the circuit is

1

ow S S i -~ a1
fl f .fhgh 27TR10F

<f< (2.33)

27TRFCF

The ratio R; and Rp sets the desired finite op-amp DC-gain, and in combination
with CF sets the useful integration range.

According to [2, p. 270], the finite gain can be an issue, but only for noise shaping
below the corner frequency fiow. Therefore, if the signal band fg is significantly
larger than fy,, the noise power is not significantly dependent on the DC-region of
the frequency spectrum. This is due to the fact that frequencies close to fg dominate
the spectrum integral calculations. This desired cutoff frequency is related to the
finite op-amp gain in the s-plane by

S 2

-l )
v o Amax + 2/~ 27(Amax + 2)°

(2.34)

If fiow < fB then A, does not affect the SNR substantially, so the OSR and gain
must satisfy the condition

W(Amax + 2) > OSR. (235)
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Eq. (2.34) and Eq. (2.35) show that the op-amp’s gain is dependent on the sam-
pling frequency, and by correlation, the OSR. Selecting a reasonable value for fioy
while satisfying the condition that it is much lower than the signal bandwidth limit
ensures a suitable DC-gain that will not degrade the SNR significantly. However,
the dynamic range of the integrator further limits the op-amp’s performance. One
needs to ensure that the selected gain will not result in an output voltage swing
that exceeds the supply voltage of the op-amp, or else the resulting clipping of the
output will add further error (noise) to the signal; degrading the SNR [2, p. 276].

The integrator in the AY ADC needs to be able take as an input the difference
between the input signal (Vigna) and its quantized estimation from the feedback
DAC (Vpac). The circuitry above in Fig.2.10 would have trouble performing this
task with its current design. It can, however, easily be expanded to include this
mathematical operation. By splitting the non-inverting input into two inputs a
summing integrator can be implemented (Fig. 2.11).

Rp

C

Vieer 1 ——

R, =
‘/’2 o —0 Vout
R t

Rg

Figure 2.11: Practical summing integrator circuit.

Applying KCL and Ohm’s Law once again and assuming an ideal amplifier, the
sum of the currents going through the two resistors R; must be equal to the sum of
currents going into Ry and Cf:

Vi Vo Rr + 5060 1+ jwRpCr
Y 7> —  Vout 1 — —VYout— 5
R R Ry .ijCF ) Ry (2.36)
ou 1
& H(s) = t a

" Vi+Ve R 1+ RpCps’

Comparing Eq. (2.36) with (2.29) it becomes clear that the only distinction that
can be made between the two is that Vi, is replaced with V; + V5. Furthermore, by
assigning the voltages Vi = Viignal and Vo = —Vpac and given Eq. (2.32) the output
voltage can be described by

—% - (Viignal — Vbac), f < fiow
‘/(’Ut - _ﬁC’F /(‘/signal - VDAC) dta flow S f S fhigh (237)
0’ f > fhigh~
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2.6.3 Comparator

Recalling from Sec. 2.3, the quantization block within the feedback loop of a 1-bit
AY, ADC can output a single bit of either a logic 1’ or a logic '0’, depending on
the output from the integrator. This bitstream is fed into the FPGA, where it
will be filtered and downsampled by the decimation filter. The pins of the Arty S7
FPGA used will register a logic ’1’ if a voltage of +3.3 V is applied to them and a
logic 0" if the voltage is zero [10]. This same bitstream is fed back into the system
via the DAC and results in a two-level voltage; typically £V,.;. The advantage of
such a 1-bit system is that both the ADC and DAC functionality can easily be
implemented in the circuit using comparators or switches and provides the benefit
of being inherently linear [2, p. 264]. An example circuit of a comparator can be
seen in Fig. 2.12.

+ ‘/;ef

‘/in o——+
‘/out

Vip o—— =

Figure 2.12: Ezample comparator circuit.

The comparator circuit in the figure above works by comparing an input Vi, with a
threshold voltage Viy. Vou is then decided by
Voo { +Viet, Vi >V (2.39)

0, otherwise

Note that not all comparators operate in the same fashion, and the description above
is only meant to describe the functionality of the comparators used in this project.
The precise configuration and specifications of the comparator used are discussed
more thoroughly in Sec. 3.2.

All comparators have some amount of propagation delay; the output cannot instan-
taneously change when the input does. This is one of the main limitations the analog
circuitry of the AX converter has on the selection of OSR. The comparator needs
to have time to compare and output a new quantized value every sampling period.
If the propagation delay is too long - or the OSR is too high - the benefits gained
from the oversampling will be reduced. The result would be a worse SNR than the
theoretical value.

2.6.4 Slew-rate

The finite slew-rate (SR) of the op-amps in the circuit is a severe limitation to overall
conversion speed. By definition, the SR is the maximum slope of the output voltage
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with respect to time. When the initial slope Ss of an input sinusoidal voltage is
greater than the finite SR of the op-amp slew-rate, distortion occurs and the critical
condition for non-distorted operation is therefore Sg = SR, where the initial slope
is defined as [11, p. 631]

Sy = 27 fV},, (2.39)

where f is the frequency of the signal and V}, is its amplitude. Hence, for the op-
amps within a AY ADC to operate properly, the SR must be high enough to take
as an input the high-frequency sampled signal without distorting the output. Then,
by Eq. (2.39) and the critical condition for non-distorted operation, a correlation
between minimum SR and sampling frequency f; can be made:

S Runin = 27 [,V (2.40)

2.7 Digital Decimation Filter

The AY ADC structure is completed with a moving average filter on the output of
the modulator, realized using a digital decimation filter (or decimator) [3, p. 10].
In its most simple form, the decimator consists of a sharp digital LP-filter followed
by a downsampler. The downsampler effectively “dumps” every nth sample of the
signal to reduce the sampling rate and thus filtering out the high-frequency noise.
In AY modulation the output can be downsampled by a factor of OSR, reducing
the signal to the Nyquist-rate and, consequently, the number of samples that need
to be processed digitally.

A common implementation of decimation filters in AY architectures is the Cascaded
Integrator-Comb (CIC) filter. The popularity of CIC-filters in decimation applica-
tions is largely attributed to their computational efficiency [5]. Fig. 2.13 displays
the most common way to realize a first order CIC-filter for downsampling.

X »P —>iR D >y

Figure 2.13: First order CIC decimation filter.

The structure in Fig. 2.13 is a cascade of an integrator-, a downsampling- and a
differentiator (or comb)-stage. The main purpose of the CIC-filter is to provide
anti-aliasing before the sample reduction. However, swapping the places of the
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downsampling and comb sections reduces the amount of digital hardware operat-
ing at the high clock frequency, which in turn results in lower power consumption [5].

Increasing the order of the CIC-filter is done simply by cascading more integrators
and comb sections. In AY applications, it is required for a modulator of order L to be
followed by a filter of order L+1 in order to achieve sufficient anti-aliasing [2, p. 393].

For CIC-filters of order M, a passband gain of
G=(N-RM, (2.41)

is introduced [5]. Where N is the differential delay and R is the downsampling
factor. This gain can be compensated for, in other words made equal to one, by
binary right-shifting the output bit stream from the filter by

logy(G) = 10%2((NR)M)7 (2.42)

which applies when G is only allowed to be an integer of base two [5].

The high signal gain of the CIC-filter introduces a risk of arithmetic overflow [5].
However, this can be avoided by using subtraction with two’s complement and en-
suring that the registers have the bit-width of (at least) the maximum amplitude
times the filter gain. This is accommodated for by using register widths of [5]

Register width = Number of input bits + M - log, (N R). (2.43)

2.8 1I2S Serial Interface

I2S is a serial communication protocol initially developed by Philips Semiconductors
[12]. The protocol needs 3 signals in order to transmit digital audio: serial bit clock
(SCK), word select (WS) and serial data (SD). The SCK-signal controls the bitrate
of the transmitted serial data while the WS-signal keeps track of the word lengths.
I2S allows for stereo sound to be transmitted over the SD-line. If WS is low, then
the data currently being transmitted over the SD-line is left-channel audio while
WS being high indicates right-channel audio. The most significant bit of the data
word is sent first.

The required bitrate for transmitting serial data can be calculated as
fscx = fs-r-n, (2.44)

where f; is the sampling frequency of the transmitted signal, r is the bit resolution
and n is the number of channels [13].
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Design and Implementation

This chapter will explain the design process in detail. It is divided into three sections,
with each section describing the design and simulation of each of the main parts for
this project. Sec. 3.1 presents the block diagram in Simulink and relevant simulation
data is displayed and discussed. In Sec. 3.2 a description of the implementation of
the analog circuitry proposed in Sec. 2.6 is presented. Finally, the digital filter design
process is described in Sec. 3.3.

3.1 Simulink Simulations

The discrete block diagrams for a first and second order AY. modulator were drawn
in Simulink and can be seen in Fig. 3.1 and Fig. 3.2. Note that the decimation filter
is not yet included, so more in-band noise is expected.

o z—Ll 1-bit » z\o_<

Integrator L Irrr

Multibit

Delay1

Figure 3.1: First order modulator.
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Delay

Integrator Integrator2 quantizer

) = —(;H =~ = (1)

7z-1

Figure 3.2: Second order modulator.

A sine wave with an amplitude of 0.85 V and 1.01 kHz was then used as an input to
the modulators. The 1-bit quantization block had a threshold of 0 V with V. =1
V. The reason for selecting the input amplitude as 0.85 V instead of V. was because
of the fact that the peak SNR is achieved if the input amplitude is slightly lower
than Ve, around —6 dB [2, p. 64]. This is referred to as decibels relative to full-scale
(dBFS). For -6 dB the input should be around 0.5 V, but simulations showed that
0.85 V was optimal for highest SNR.

Both block diagrams were simulated during 200 periods for some OSR of base 2.
The quantizer in Simulink is essentially an ADC and DAC all in one and outputs
+V,ep if the integrator output is greater than 0, and —Vie it is lower. To fulfill
the specifications from Sec. 1.4 the bandwidth was set to 20 kHz and to achieve
anti-aliasing below 2 MHz, the OSR had to be high enough to ensure f; > 4 MHz
according to the Nyquist-Shannon sampling theorem. The power spectrum and SNR
of pulse train output of the quantizer were calculated in a Matlab script and can be
seen in Tab. 3.1. Using Eq. (2.21) and Eq. (2.22) the theoretical maximum values
for the SQNR were also calculated and can be seen in Tab. 3.2.

Table 3.1: SNR simulation result for first and second order AX..

1-bit ADC
OSR [ SNRasx1 | SNRax 2
256 | 72.1dB | 100 dB
512 | 80.8dB | 114 dB
1024 | 89.8dB | 129 dB
2048 | 93.7dB | 145 dB

Table 3.2: Theoretical SQNR for first and second order AX.

1-bit ADC
OSR [ SQNRax, | SQNRayx,
956 | 68.9dB | 109 dB
512 | 77.9dB | 124dB
1024 | 87.0dB | 139dB
2048 | 96.0dB | 154dB
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A comparison of the above tables leads to the conclusion that the theoretical values
differ from the simulation. This was expected because, as previously discussed, the
linear noise model is a crude approximation to simplify calculations and should not
be accepted at face value. The second order simulation shows around a 10 dB lower
SNR in the simulated result. This displays clearly the effects of the quantization
error harmonics discussed in Sec. 2.2. To verify this difference in SNR, the first
order modulator’s quantizer was removed and a white noise block was added to the
signal path to create the linear model from Fig. 2.3. The linear model was then
simulated with OSR = 256, which yielded an SQNR of 106 dB - very close to the
approximation.

From Tab. 3.1 it is apparent that a second order modulator with an OSR of 256
achieves the minimum 100 dB SNR requirement. Furthermore, it achieved a THD
of —82.1 dB which was also within the limitations.

The power spectrum of both a first order and second order 1-bit AY modulator
can be seen in Fig. 3.3. The plot also verified the expected 20 dB/decade and
40 dB/decade noise shaping of the first and second order modulator respectively.
Significant harmonics due to quantization could be observed on the second order
plot at around frequencies 3 kHz, 5 kHz, and 7 kHz.

0 Periodogram Using FFT

——First order
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Figure 3.3: Periodogram of first and second order 1-bit AY with OSR = 256.
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The integrator output can be seen in Fig. 3.4, and was used as a frame of reference
when designing the integrator in the analog circuitry later on.

5 Integrator output
T T I T

Magnitude [V]

2 1 | 1 1 1 1 1

Time [s] %107

Figure 3.4: Integrator output of the 1-bit AX with OSR = 256.
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A 3-bit first order modulator was also simulated in a similar fashion to observe the
effects on the SNR, with the same OSR values. The output of the 3-bit quantizer
can be seen in Fig. 3.5.

Amplitude [V]
(=)

| | | | | |
0.0158 0.016 0.0162 0.0164 0.0166 0.0168 0.017 0.0172 0.0174 0.0176
Time [s]

Figure 3.5: 3-bit quantizer output signal.

With 3 bits there should be 8 DAC levels. However, it was discovered that the
quantizer in Simulink operates to ensure that the sine wave is centered around 0
which, since 8 is an even number, requires an extra level; explaining the 9 levels
shown in Fig. 3.5. Note that the number of quantization levels & = 9 implies
log,(9) ~ 3.17 bits. The SNR results of the simulations can be seen in the second
column of Tab. 3.3 as well as the theoretical SQNR values with £ = 9 in the third
column.

Table 3.3: SNR simulation result for 3-bit first order AX.

3-bit ADC
OSR | SNRas1 | SQNRax,
256 | 86.3dB | 87.9dB
512 | 94.6dB | 97.0 dB
1024 | 104dB | 106 dB
2048 | 113dB | 115dB

Tab. 3.3 and Tab. 3.1 show an increase of about 14 dB SNR for each row using 3-bit
instead of 1-bit quantization. The theoretical SQNR values are a bit higher, again
showing that the linear model is only an approximation.

From Tab. 3.3, it is clear that a 3-bit first order modulator using OSR = 1024 could
also achieve an SNR > 100 dB. Additionally, it resulted in a THD of —97.9 dB.
This gave the project two design options. Either a 1-bit second order modulator
with an OSR = 256, or a 3-bit first order modulator with OSR = 1024. However,
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the DAC non-linearities caused by the 3-bit quantization, as discussed in Sec. 2.2,
would require advanced digital compensation circuits - which could be a whole thesis
in itself. Furthermore, an OSR of 1024 leads to a sampling frequency of f; =
2 - fx - OSR =~ 41 MHz which is not a limitation for the Arty S7 FPGA per se,
because of its maximum clock frequency of 100 MHz [10]. However, it does increase
the demand on the speed of the analog circuitry. It was therefore decided that a
1-bit second order modulator was preferable since the 1-bit quantization could easily
be implemented with a single comparator while providing inherent linearity to the
DAC. It also allows the DAC to simply be an output pin of the FPGA. In addition,
the OSR could be as low as 256 which would relax the demand on the analog circuit.

3.2 Analog Circuit Design

The majority of the circuit design process was conducted in LTspice. To limit the
number of unforeseeable factors that might negatively impact the circuit, the circuit
was first implemented using as many ideal components as possible. These included
the NMOS-transistor, resistors, capacitors as well as a separately constructed ideal
op-amp consisting of a voltage-dependent voltage source (see Appendix A) which ad-
ditionally provided the benefit of reducing the simulation time. These were replaced
with the close to ideal "UniversalOpAmp2" included in the LTspice library, just to
confirm that the constructed ideal OP amp worked as expected. Furthermore, all
components were dimensioned with regards to an OSR of 256, giving fs ~ 10.24
MHz. To follow a more modular approach, the S/H circuit was implemented first,
followed by a first order architecture before finally implementing the second order
converter.

3.2.1 S/H circuit

The S/H circuit presented in Sec. 2.6 was drawn up in LTspice, and can be seen in
Fig. 3.6.

Buffer

Buffer
S/H

NMOS

V+

i ci
R 390pF | V-
100k l X1
R6
1k

Figure 3.6: Sample-and-hold circuit.

Vo Vsh

Clk1

28



3. Design and Implementation

The capacitor was sized by rewriting Eq. (2.24) with 7 = T;/2 ~ 48.83 ns. A rela-
tively high ESR of 20 {2 was assumed to ensure the minimum necessary capacitance.
This resulted in a capacitance of approximately 390 pF. In Fig. 3.6 the previously
mentioned ideal op-amp is connected as a buffer to the input and output of the cir-
cuit. A square wave generator of 0-5 V with a frequency equal to fs was connected
to the gate of the transistor to control the switching. A pull-down resistor (R;) was
added to the gate to ensure 0 V when the clock is low, as well as a resistor (Rg)
connected in series to limit input current.

During simulation a sine wave with a peak value of 0.8 V and frequency of 10
kHz was used as input. The sampled voltage Vi, was plotted and observed. The
sampling circuit proved functional for sampling up to the design frequency 10.24
MHz, indicating correct capacitor sizing. Fig. 3.7 demonstrates the sampling, where
the sample Vj, is clearly held during the time when the clock signal is low. However,
to more clearly show the step-like pattern of the sampled signal, a lower OSR of 128
is used in the figure. Also note, the clock signal amplitude is not accurate in the
plot. The clock signal is simply scaled to fit so that the sampling can be observed
in relation to the clock pulses.

|
0.61 - _f/'OCk .
sampled
T e T T T T T e e s B e I B e B o T e T e B e B e B e B
2.0.59 - | -
Q
o
2
2058 - - 1
g
<
0.57 - — -
os6— - - - - 04U
055 | | v/ I | | ! ! .
1.9 2 2.1 2.2 2.3 24 2.5 2.6
Time [s] %107

Figure 3.7: S/H output with OSR = 128.
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3.2.2 First order circuit

The complete first order circuit design can be seen in Fig. 3.8.
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Figure 3.8: First order circuit.

The S/H circuit can be seen at the bottom of Fig. 3.8, which is then connected to
the summing integrator circuit. The integrator’s (U5) maximum DC-gain was calcu-
lated by rewriting Eq. (2.34) and choosing the upper corner frequency to be fiow = 1
kHz. This cutoff frequency was selected somewhat arbitrarily, but still making sure
that the condition fi,w < fg was fulfilled. This calculation gave a linear gain of
Apnax &~ 1627. Using the E12-series for resistors, selecting Rp = 1.8 MQ and R, =1
kQ a gain of 1800 is yielded. Ry needed to be low to push the upper limit frequency
as high as possible. However, this resistance of R; later turned out to be too low
which caused some issues for the output buffer, like high currents and an increase
of the THD, and was set to 2 k(2 instead (see Sec. 3.2.4). This gave a gain of 900,
or 59 dB. Rg and Ry were, as previously argued for, set equal to R;.

The capacitor value was calculated to 88 pF by rewriting Eq. (2.30) and using the
selected Ry and fi,w, = 1 kHz. The capacitance was rounded up to the E6-series
value of 100 pF, resulting in the integration range 884 Hz — 795.8 kHz. Ideally, the
integration range would go up to f; but this would have required either a very small
Ry, resulting in too high currents, or such a small capacitor that it would be close to
the same range of parasitic capacitances in the circuit - which would not be feasible.

The comparator is an LTC6752 from Analog Devices [14] which was selected due
to its fast propagation speed of 2.9 ns and high toggle rate. Its supply voltage was
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3. Design and Implementation

Vee = Vit = 3.3 V and Vgg = 0 V to accommodate the FPGA voltage on its pins.
The output of the comparator was connected to a D flip-flop (DFF) to simulate
the FPGA input and output pins. This DFF was clocked on the same clock as
the sampling circuit, but phase-shifted 180° to ensure that each quantized sample
only is outputted when the S/H circuit is "holding" a sample. It was set to be able
to output 0 V or 3.3 V just like the FPGA pins and connected in feedback to the
summing integrator.

The input of the integrator in the block diagram in Fig. 3.1 is V;, — 1 if in the
previous iteration the integrator output was greater than 0 V, and V;, + 1 if it was
lower. Since a summation connection is used in the analog circuit, the subtraction
would have to be implemented by addition. Meaning adding a negative voltage
when the quantizer outputs a logic 1’ and a positive voltage for a logic '0’. This
would require some switching circuit or another comparator, with additional supply
voltages of 1 V. Furthermore, the input voltage to the LTC6752 must be between
Ve — Voo = 0—3.3 V [14], meaning no negative voltage can be applied. Comparison
with 0 V with the integrator output centered around 0 V was therefore not possible
with this comparator. Instead, a virtual ground replaced most of the actual ground
of the modulator circuit, adding a DC-bias of Vf/2 = 3.3/2V = 1.65 V to the
circuit (see Fig. 3.8). A first order passive HP-filter was also added to the input to
separate the AC- and DC-signals. A high resistance of 1 M(2 was selected to ensure
a low DC-current, and with a 100 nF capacitor everything below 1.5 Hz is blocked.

The threshold voltage of the comparator was also set to 1.65 V. This ensured that
the comparator could output 0 V when its input was lower than 1.65 V and 3.3 V if
it was higher. Recall that this integrator design actually outputs the inverted inte-
gration of the input, therefore the comparator is actually an inverted version of the
quantizer in Fig. 3.1. Hence, when the comparator’s output is 0 V it is equivalent
to the ideal integrator’s output in Fig. 3.1 being above 0 V so a negative voltage
should be added via the feedback. However, since a DC-bias of 1.65 V has been
added to this circuit, and the fact that the comparator is comparing the integrator
output to this voltage, adding 0 V has the same effect. Similarly 3.3 V is added
when the integrator’s output is above 1.65 V (ideal integrator’s output is below 0
V). Thus, the correct functionality of integration of differences is achieved. It is
however important to make sure that the capacitor Cy is fully charged to the bias
voltage before connecting it to the rest of the circuit, or else the integrator will race
towards its maximum DC-gain.

3.2.3 Second order circuit

The first order circuit in Fig. 3.8 was expanded by adding an inverting amplifier with
a linear gain of A = 0.5, and a second summing integrator connected in feedback to
create a second order modulator, which can be seen in Fig. 3.9.
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Figure 3.9: Second order circuit.

Since the first integrator inverts the signal, the inverting amplifier was added after
it to invert the output back again and thus providing the same operation as the
block diagram in Fig. 3.2, as well as lowering its voltage swing which enables higher
gain in the second integrator. The second summing integrator was connected with
open-loop gain and half the capacitance of the first integrator, to further push the
integration interval to frequencies closer to fs in order to more efficiently integrate
the error.

3.2.4 Hardware implementation

To fully implement the design on a perf board or PCB, real components have to be
carefully selected.

For the integrator and buffers Analog Devices AD829 video op-amp was deemed
suitable [16], due to its wide bandwidth, high SR, and high gain-bandwidth product
(GBP). In the datasheet it was specified that the lowest THD was achieved when
a load resistance of 2 k{2 was used, hence the resistor values selected for the sum-
ming circuit of the integrators. Multi-layer ceramic capacitors of 390 pF and 100
pF were selected for the sampling circuit and integrator respectively. An N-channel
MOSFET from Onsemi was selected as a switch [17], due to its reasonable thresh-
old voltage and low on-resistance, yielding low switching loss. The resistors can be
Surface Mount Device (SMD) resistors to save space.

It is worth mentioning that the sine wave in the LTspice simulations has no noise in it.
A real-world signal generator would generate a signal containing some noise. This,
combined with the fact that the buffers and other components add extra thermal
noise as well, makes it unlikely that the simple sampling system would be able to
accurately hold a sample each sampling period, given the high sampling frequency.
It might require rigorous testing and design changes. The noise would be so high in

32



3. Design and Implementation

relation to the sampling steps that each sample would be hard to distinguish. This
explains why most S/H ICs available off-the-shelf have a relatively low maximum
operating frequency, and why SC-integrators are common practice for achieving the
sampling and integration in DT AY ADCs.

3.3 Digital Hardware Design

The digital hardware was implemented on the Spartan 7: XC7525-CSGA324 FPGA
using VHDL to describe the logic. The top-level design can be found in Appendix B.
Behavioral testing was done in Modelsim while synthesis and implementation were
carried out using Vivado.

3.3.1 Clock generation

The Arty S7 FPGA board has a 12 MHz and a 100 MHz crystal oscillator directly
available on pins. However, the 100 MHz oscillator can be used to drive phase-locked
loops (PLLs) in order to generate clocks of various frequencies. This function can
be accessed through Vivado by using the “Clocking Wizard” IP core. This creates a
component that can be instantiated in a VHDL program, taking the 100 MHz as an
input and generating a clock with a chosen frequency as an output. The Clocking
Wizard resource was used to generate the 10.24 MHz sampling clock.

The PLLs can only be used to generate frequencies down to 4 MHz. So, in order to
generate the downsampled 40 kHz clock, a synchronous counter was created. The
counter increments at every rising edge of the sample clock up to OSR = 256 and
forces a trig-signal to go high. At the next sample-clock edge, the trig-signal is forced
low while the counter is reset. This process repeats continuously. The generated
trig-signal was used as the Nyquist-rate clock.

Since the filter output has a sampling frequency of 40 kHz and 25 bits resolution,
then by Eq. (2.44) a 1 MHz clock is required to serially transmit the data over one
channel using the 12S protocol. However, since the system clock is not an even
multiple of 1 MHz, 32 bits were used instead yielding a frequency of 1.28 MHz. This
was again achieved using a synchronous counter.

Tab. 3.4 shows a summary of the different clocks used in the design.

Table 3.4: Clock table.

Clock name | Frequency [MHz] | Decimation factor
clk_hf 10.24 -
clk sck 1.28 8
clk_If 0.04 256
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3.3.2 Decimation filter

The filter was implemented using simple digital building blocks such as adders and
registers. By the reasoning in Sec. 2.7, and since a second order modulator was
used, a third order filter was designed based on the block diagram in Fig. 3.10.

N 25
N 25
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DFF DFF DFF
i £ i)
clk_hf SUB
t |
R ] R M 25
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clk_If | ! !

Figure 3.10: Hardware realization of decimation filter.

The input (IN) in Fig. 3.10 is 1 bit, however, by Eq. (2.43) the bit-width of the
registers needs to be 25 bits. Therefore, the input must be sign-extended to 25
bits. The addition and subtraction operations were implemented using ripple-carry
adders (RCAs). For the adders to perform subtraction using two’s complement, the
subtraction signal (SUB) is set to ‘1’ and sent as a carry-in to the RCAs while the
second operand is negated.

The memory elements (25-bit registers) in the circuit are composed of positive edge-
triggered DFFs. Separate clocks were used to trigger the DFFs in the integrator and
comb sections, where clk hf is the high-frequency sample clock and clk_1f is the
downsampled Nyquist-rate clock as described in the previous section.

Compensation for the filter pass-band gain, described in Eq. (2.42), was done by in-
terpreting the output bits as a fixed-point number. That is, instead of arithmetically
right shifting the output, which would result in loss of information, it was converted
to fixed-point s1.23 format. This means that bit 25 is interpreted as a sign bit, bit
24 as an integer bit followed by 23 bits of fraction. Comparing this to the input
shows a 23-bit increase in resolution.
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A modular design was employed when implementing the system in VHDL. The
different blocks of Fig. 3.10 were combined into modules that were instantiated as
components in the top-level design (see Appendix B).

3.3.3 Serial communication

The I2S serial bus was implemented as a shift register, shifting one bit of an input
data word to the left at every rising of the serial clock, clk sck, and writing the
MSB to the output. The hardware implementation of an n-bit shift register is shown
in Fig. 3.11.

Serial out DFFE - DFFE T DFF
4+— — 0’

(MSB)

clk_sck | | |

Figure 3.11: Hardware implementation of an n-bit shift register.

At each clk_1f pulse, a new data word is loaded to the bit lines. Then, as Fig. 3.11
shows, a left shift is performed at every clk sck pulse. The register is padded with
zeros from the least significant bit (LSB). Furthermore, the WS-signal is initialized
to zero at reset and inverted at every clk_If pulse.
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Results

4.1 Circuit Simulations

The first order circuit from Fig. 3.8 was simulated using an input sine wave with
different amplitudes, ranging from 0.85 — 1.6 V, and 1 kHz frequency with f; = 10.24
MHz during 100 periods. Since Vief = 3.3 V and not 1 V in this circuit - following
the reasoning in Sec. 3.1 - an input voltage of 1.6 V should be selected for -6 dBF'S.
However, changing the amplitude did not significantly change the SNR, although a
lower amplitude improved the THD.

An ideal inverting amplifier with 0 dB gain (to correct the 180° phase shift) in series
with a first order passive LP-filter with a cutoff frequency of 20 kHz was added to
the output of the modulator to demodulate the PCM-output of the DFF to see if it
was actually retrieving the sampled signal. In the figures below, the sampled voltage
(Van) with an amplitude of 1.6 V together with the filtered output (Viyer) is seen
in Fig. 4.1 and the integrator output is seen in Fig. 4.2. In the figures below, the
sampled voltage (Vi) with an amplitude of 1.6 V and the filtered output (Vier) can
be seen in Fig. 4.1 and the integrator output is shown in Fig. 4.2.

Sampled input and filtered output
T

Amplitude [V]

Figure 4.1: Simulated results of the sampled voltage and the filtered output.
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Integrator output
T T

2.5

Amplitude [V]

0.5

Figure 4.2: Integrator output.

The filtered voltage clearly shows - although more noisy, with a slight voltage drop
- the recreated sampled signal with a 1.65 V DC-bias. It also had a phase shift
of 38°. The integrator output had an appearance similar to that of the Simulink
simulation in Fig. 3.4, and a dynamic range of approximately 2.3 V; meaning no
chance of clipping occurring, as well as the voltage being low enough for the input
of the comparator.

The FFT of the LP-filtered signal was plotted with a Hamming windowing function
in L'Tspice and can be seen in Fig. 4.3.
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Figure 4.3: Power spectrum of first order circuit with OSR = 256 after 100 periods.

The SNR was calculated using the FFT-data in Matlab. The plot above shows
harmonics at 2, 3, 4, 5 and 7 kHz; the 2 kHz being of the most significant ampli-
tude. The simulation yielded an SNR of 38.3 dB, which was significantly lower than
hoped for. However, the spectrum below the fundamental 1 kHz frequency com-
ponent shows a 20 dB/decade noise shaping slope, starting from -80 dB. Lowering
the input amplitude to 0.8 V could increase the SNR to 40 dB. The vast difference
between this SNR and the one from the Simulink simulation is largely due to the
prominent harmonics. The harmonics were surprisingly large and led to a THD of
-18.8 dB. It is suspected that this might have been caused by some error in the
algorithms LTspice utilizes, although this is not confirmed. The spectrum of the
output from the DFF showed that the majority of the noise was pushed outside the
signal band. However, it did not show the expected 20 dB/decade noise shaping
above the signal band.

The transfer function of the ideal integrator in the Simulink model was replaced
with the discretized transfer function of the practical integrator (Eq. (2.36)), with
the resistance and capacitance values calculated in Sec. 3.2.2. This was then simu-
lated with an OSR of 256 during 100 periods to more accurately compare the SNR
result from Simulink and LTspice, which yielded an SNR of 74.7 dB; showing that
the limited DC-gain did not significantly impact performance.

The second order circuit from Fig. 3.9 was also simulated using the same simulation
parameters as with the first order circuit. Unfortunately, this circuit yielded very
similar results as the first order circuit; achieving an SNR of only 43 dB, with the
same harmonics affecting the noise performance. The FFT did not show the ex-
pected 40 dB/decade noise shaping. Thus, it was concluded that this circuit design
was not functional as a second order AY. modulator.
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The circuit was altered in various ways, including moving the summing circuitry
and the inverting amplifier into a differential amplifier instead to see if it might
change the performance. The gain and capacitance values of the integrators were
also changed in different ways to see if the issue could be resolved there. However,
no changes tested could provide a solution to this circuit, rendering it not suitable
for real-world implementation.

It was instead postulated that the functioning first order circuit could be used for
the final design, but with a much higher OSR of 2048. Since the simulation results
in Tab. 3.1 of Sec. 3.1 showed SNR = 98.7 dB, perhaps combined with the digital
decimation filter, a better SNR could be possible to achieve in the laboratory.

4.2 CIC-filter

In order to test the filter, the block-diagram in Fig. 3.10 was first implemented in
Simulink and connected to the output of the second order modulator in Fig. 3.2.
Depicted in Fig. 4.4 is the Simulink model of the filter.

OSR|
N

Downsample

p 71

Figure 4.4: Simulink model of CIC decimation filter.

Simulations using a 1.01 kHz sine wave with an amplitude of 0.7 (-3 dBFS) resulted
in the power spectrum shown in Fig. 4.5.
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Figure 4.5: Power spectrum of digital filter output.

Calculating SNR and THD in Matlab from the spectrum in Fig. 4.5 yielded about
107.5 dB and -120 dB respectively, which are promising results.

After confirming the functionality and performance in Simulink, the filter design was
implemented in VHDL and tested in Modelsim. A testbench was created in VHDL
to provide stimuli to the input ports. Behavioral testing of the filter was carried
out by generating a look-up table (LUT) of 10240 sine wave samples and converting
them to a PCM-signal to be used as input to the design. A behavioral model of a first
order modulator was created in order to generate the input signal. Downsampling
the input signal of 10240 samples by a factor of OSR = 256 yields an output sine
wave with 40 samples per period, which was confirmed through simulation. The
sine wave generated from the LUT and output from the filter are shown in Fig. 4.6.

- I ——

4 gine_sc 0.820313

Figure 4.6: Sine wave from LUT amd digital filter output.

As shown in Fig. 4.6, the delay of the filter introduces a slight phase-shift between
the two signals. The insufficient resolution of Modelsim’s wave-window hides the
fact that the output contains significantly fewer samples than the sine wave from
the LUT. However, thorough examination of the output reveals that it is properly
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downsampled, which can also be confirmed by using an LUT with fewer samples.
After the behavioral testing in Modelsim was completed, the design was successfully
synthesized and implemented on the target device in Vivado. Analyzing the timing
reports showed a worst-case delay of 78.192 ns. This is acceptable since it is less
than the period of the fastest clock in the system (clk_hf), which has a period of
97.65625 ns.

Finally, the serial interface was successfully implemented in VHDL using the 12S pro-
tocol. This enables easy communication with an audio analyzer for future hardware
testing.
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Conclusions and
Recommendations

The Simulink simulations showed that in order to achieve the required specifications
of SNR > 100 dB and THD < —80 dB within the 20 kHz bandwidth, a 1-bit second
order AY, modulator with a minimum OSR of 256 was optimal. It was also possible
to reach 104 dB SNR by instead using a 3-bit first order modulator with 1024 OSR,
although it would require more work to mitigate the imposed non-linearity of the
multi bit DAC.

The proposed circuit designed to implement the modulator proved only to be func-
tional for a first order modulator, although performing significantly worse than the
simulated ideal model. It could recreate the modulated signal using a LP-filter to
demodulate it, but only achieving an SNR of 38.3 — 40 dB and THD of -18.8 dB;
the harmonics being the main degrading factor.

The circuit was simulated using ideal components, and it was deemed unlikely that
the S/H circuit would prove functional using real components due to thermal noise
making the fast samples indistinguishable from the noisy signal. The sampling cir-
cuit simulated did also not include parasitic capacitances, which would no doubt be
an issue in a real-world implementation. However, more testing in a laboratory envi-
ronment is needed before disregarding the design completely. SC-integrators would
most likely be a better choice to achieve the sampling, and could be implemented
using discrete components although requiring a more complex circuit. Another op-
tion is to instead investigate the possibility of implementing a CT A modulator,
which was not covered in this report.

The digital CIC-filter performed well in simulation and was able to synthesize on
the target device. However, improvements can be made to the design. The addition
and subtraction operations were performed using RCAs. This was unnecessary since
the target device was an FPGA. It would be more efficient to let the FPGA resolve
this logic and optimize these operations. The RCAs add a lot of delay to the signal
path, which increases proportionally to the number of bits. In the case of this filter,
the operands are 25 bits which contributes to a significant portion of the total delay.
Furthermore, the register does not need to be 25 bits wide throughout the whole de-
sign since the signal is successively amplified. Optimizing the register-widths would
save area and reduce power consumption.
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Since the analog hardware implementation of the modulator did not function prop-
erly, the filter was not tested using an actual FPGA. This could be included in future
work. Tests using an off-the-shelf AY modulator, another FPGA with a synthesized
digital modulator or, ideally, a finished prototype of the proposed design as input
to the filter could be performed.

The chosen architecture of a 1-bit quantization, second order modulator is still be-
lieved to be the best option in terms of performance in relation to circuit complexity.
Implementing this modulator using SC-circuits in combination with a third order
CIC-filter would result in a far cheaper design than off-the-shelf ADCs with similar
precision and speed.
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A

Ideal Op-Amp Schematic

The design in Fig. A.1 was implemented based on [15].

Figure A.1: Ideal op-amp modeled as a voltage dependant voltage source.
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LIBRARY ieee;
USE ieee.std_logic_1164.ALL;
USE ieee.numeric_std.ALL;

ENTITY decfilter IS

GENERIC (
reg_width : INTEGER := 25;
order : INTEGER := 3;
OSR : INTEGER := 256);
PORT (
clk_sys : IN STD_LOGIC; --
reset : IN STD_LOGIC; -=
adc_in : IN STD_LOGIC; --
sd_£fb : 0UT STD_LOGIC; --
bit_clk : 0UT STD_LOGIC; --
fs_clk : 0OUT STD_LOGIC; --
sd_out : 0UT STD_LOGIC; --

clk_hfo : 0OUT STD_LOGIC); --
END decfilter;

-—- bit-width of registers
-- CIC-filter order
-- oversampling ratio

100 MHz system clock
hardware reset 1low

input from adc

feedback signal

serial bit clock (I2S)
frame sync (I2S)

serial data (I28)

sample clock to SnH-circuit

ARCHITECTURE structural OF decfilter IS

TYPE arr IS ARRAY (0 TO 2 * order) OF signed(reg_width - 1

DOWNTO O0);
SIGNAL count : INTEGER;
SIGNAL count?2 : INTEGER;
SIGNAL clk_hf : STD_LOGIC; --
PLL
SIGNAL clk_1f : STD_LOGIC; --
SIGNAL clk_sck : STD_LOGIC; --
SIGNAL x_arr : arr;

COMPONENT integrator
GENERIC (d_width : INTEGER);

10.24 MHz sample clock from

40 kHz downsampled clock
1.28 MHz serial clock

PORT (
clk : IN STD_LOGIC,;
reset : IN STD_LOGIC,;
in_hf : IN signed(d_width - 1 DOWNTO O0);
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BE

IV

out_hf : OUT signed(d_width - 1 DOWNTO 0));
END COMPONENT;

COMPONENT differentiator
GENERIC (d_width : INTEGER);

PORT (
clk : IN STD_LOGIC;
clk_1f : IN STD_LOGIC;
reset : IN STD_LOGIC,;
in_1f : IN signed(d_width - 1 DOWNTO O0);

out_1f : OUT signed(d_width - 1 DOWNTO 0));
END COMPONENT;

COMPONENT clk_wiz O

PORT (
resetn : IN STD_LOGIC,;
clk_inl1 : IN STD_LOGIC;

clk_outl : 0OUT STD_LOGIC);
END COMPONENT;

COMPONENT shift_reg
GENERIC (b_width : INTEGER);

PORT (

clk : IN STD_LOGIC;

clk 1f : IN STD _LOGIC;

bit_clk : IN STD_LOGIC;

reset : IN STD_LOGIC;

data_i : IN signed(b_width - 1 DOWNTO 0);
shift_o : 0UT STD_LOGIC;

fs_clk : OUT STD LOGIC);

END COMPONENT;
GIN

-- generate sample clock --
clk_gen : clk_wiz_O
PORT MAP(reset, clk_sys, clk_hf);

-- generate feedback --
PROCESS (clk _hf, reset)
BEGIN
IF reset = 20’ THEN
sd_fb <= ’07’;
ELSIF rising_edge (clk_hf) THEN
sd_fb <= adc_in;
END IF;
END PROCESS;

-- generate low frequency clock --
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87 PROCESS (clk_hf, reset)

88 BEGIN

89 IF reset = 0’ THEN

90 clk 1f <= ’0’;

91 count <= 0;

92 ELSIF rising_edge(clk_hf) THEN
93 IF count = 0SR - 1 THEN
94 clk 1f <= 17,

95 count <= 0;

96 ELSE

97 clk _1f <= ’0’;

98 count <= count + 1;
99 END IF;

100 END IF,;

101 END PROCESS;

102

103 -- generate serial bit-clock --
104 PROCESS (clk_hf, reset)

105 BEGIN

106 IF reset = 0’ THEN

107 clk_sck <= ’0’;

108 count?2 <= 0;

109 ELSIF rising_edge(clk_hf) THEN
110 IF count2 = 7 THEN

111 clk_sck <= ’17’;

112 count?2 <= 0;

113 ELSE

114 clk_sck <= ’0’;

115 count?2 <= count2 + 1;

116 END IF;

117 END IF;

118 END PROCESS;

119

120 -- sign-extend --

121 x_arr(0) <= (0 => ’1’, OTHERS => ’0’) WHEN (adc_in = ’1°)
ELSE (OTHERS => ’1°’);

122

123 -- generate integrator side (high frequency) --

124 Gl : FOR i IN O TO order - 1 GENERATE

125 int : integrator

126 GENERIC MAP(reg_width)

127 PORT MAP(clk_hf, reset, x_arr(i), x_arr(i + 1));

128 END GENERATE;

129

130 -- generate comb side (low frequency) --
131 G2 : FOR i IN O TO order - 1 GENERATE

132 dif : differentiator

133 GENERIC MAP(reg_width)
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135

136

137

138

140

141

142

143

144

145
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PORT MAP(clk_hf,

order + i + 1));
END GENERATE;

clk_1f,

reset,

x_arr (order + i), x_arr(

-- generate serial data and frame sync for I2S interface -
I25 : shift_reg

GENERIC MAP(reg_width)
PORT MAP(clk_hf, clk_1f,

sd_out,

fs_clk);

clk_sck,

-- clock signals to output -

bit_clk <=
clk_hfo <=

clk_sck;
clk_hft;

146 END structural;

VI

reset,

x_arr (2 * order),
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